Abstract-An E-band (71-86-GHz) bidirectional transceiver is presented in this paper. The time-division duplex architecture avoids transmit (TX)/receive (RX) switches through the use of transistor biasing in the signal path to minimize high-frequency loss. The low-noise amplifier (LNA) and power amplifier (PA) are combined into a wideband PA/LNA circuit, which alleviates the parasitic loading of each circuit through a wideband power combiner. The bidirectional transceiver circuit is implemented in 90-nm SiGe BiCMOS process. In TX mode, the bidirectional transceiver transmits a maximum saturated power of 11 dBm at 78 GHz with a 3-dB bandwidth from 71 to 86 GHz. In RX mode, the maximum 30.6-dB conversion gain and the minimum 6.6-dB noise figure are measured at 73 GHz. The whole RF frontend chip consumes 350.2-and 137.7-mW dc power in TX and RX modes, respectively, including all the RF, IF, and local oscillator amplifiers. The overall chip size is 1.5 mm × 0.9 mm including pads.
A 71-86-GHz Switchless Asymmetric Bidirectional Transceiver in a 90-nm SiGe BiCMOS
I. INTRODUCTION
A DVANCED silicon technologies have made millimeterwave (mm-wave) transceivers low cost for commercial applications such as the 60-GHz short-range communications [1] , [2] , E-band (71-76/81-86 GHz) long-range pointto-point links [3] , 24-/77-GHz collision-avoidance automotive radars [4] , and so on. At mm-wave bands, both silicon CMOS (65-nm CMOS with f T / f max of 180/270 GHz [5] ) and silicongermanium BiCMOS (130-nm SiGe HBT with f T / f max of 230/300 GHz [6] ) have been demonstrated for transceiver solutions. Scaling of BiCMOS technologies still has the potential to improve the CMOS and HBT performance (90-nm SiGe HBT with f T / f max of 310/340 GHz). An important feature of a 90-nm BiCMOS process is that the 90-nm nMOS can be incorporated into passive circuits at E-band. While the nMOS is capable of operating in a mm-wave passive mixer, it has significant loss as an RF switch.
A wideband transceiver RF frontend circuit is presented for backhaul applications in E-band (71-76/81-86 GHz), long-range cruise control automotive radars in 76-77 GHz, and short-range side-crash prevention radars in 77-81 GHz. The proposed bidirectional transceiver could be incorporated into an IF phase-shifting phased array, as shown in Fig. 1 . In medium-or long-range applications, a beamforming antenna array is required for high directivity [7] , [8] . Moreover, half-duplex systems such as time-division duplexing communication and radar systems allow the transmitter and receiver to share a single antenna element and make compact bidirectional transceivers attractive in terms of area and cost. Separate transmit (TX)/receive (RX) arrays double the required silicon area. Therefore, bidirectional transceiver elements have been proposed at 45-GHz [9] and 60-GHz bands [10] ; however, no bidirectional transceivers have been demonstrated at E-band to the authors' knowledge. Regardless of BiCMOS scaling, the low-noise amplifier (LNA) and power amplifier (PA) cannot be isolated with CMOS switches due to the poor performance of the nMOS switch at E-band. Consequently, this paper develops a switchless bidirectional interconnection of the PA and LNA.
In an IF phased array system, as shown in Fig. 1 , the power division occurs in the IF path in TX mode and splits the power between each of the PAs requiring additional gain. In RX mode, a passive mixer is desirable for higher linearity before combining the signal at the IF band. Therefore, an asymmetric bidirectional mixer is presented that can operate as either an active or passive mixer. The system considerations are described and motivation for the proposed transceiver architecture is discussed in Section II. Section III presents the circuit implementations and the design details of each building block. The measurement setup and results are reported in Section VI.
II. SYSTEM CONSIDERATIONS FOR E -BAND TRANSCEIVERS
Both 77-GHz automotive pulse-compression radar and the E-band (71-76/81-86-GHz) backhaul systems are compatible with bandwidth up to 2 GHz. While many state-of-the-art E-band point-to-point links use fixed high-gain antennas to satisfy the link budget requirements, significant commercial interest exists in scalable phased array solutions that provide electronically controllable beamsteering. Consequently, recent works have investigated a number of beamforming architecture variations such as RF, local oscillator (LO), IF, and baseband phase shifting [11] , [12] .
RF phase-shifting configurations typically consume moderate power and offer high linearity because the beam is formed before the mixer and only one LO signal is required in the transmitter or receiver [13] , [14] . Since the phase shifters and the power combiners/splitters are operated at the RF band, the system budget, in terms of gain, noise figure (NF), and power, become more stringent. The LO and IF phase-shifting topologies avoid phase shifting in the RF signal path [8] , [12] . The main challenge of these approaches is the distribution of multiple LO signals with accurate phases at mm-wave bands with low skew between the channels. In addition, the LO spur could couple to the RF signal paths and result in signal distortion. Baseband phased array architectures adjust the phase (delay) through digital signal processing and are flexible for multiple-input multiple-output systems [1] . However, to implement a baseband-shifting system is still challenging even if in advanced technologies since multiple power-hungry and large dynamic range analog-to-digital converters and digitalto-analog converters are required to process a huge amount of data.
An IF-shifting phased array system as shown in Fig. 1 is preferred because phase shifting occurs at a lower IF band. There are advantages and disadvantages to the aforementioned approaches, but IF phase shifting has the advantage of allowing the scaling of the number of array elements by adding separate transceiver chips and managing the beamforming at the IF frequency. This makes the implementation of the phase shifters at the IF band lower power and also allows for the formation of multiple beams with multiple IF beamforming networks. However, IF phase shifting requires a heterodyne transceiver architecture with image rejection and requires both the LO and RF signals to be split into in-phase and quadrature-phase (I/Q) [15] . In a phased array system, each sideband suppression or image-rejection transceiver element not only increases the circuit complexity but also generates a different I/Q mismatch between each path. In this work, a frequency plan is proposed using a fixed LO to mitigate the image rejection while operating between 71 and 86 GHz. For 76-to 81-GHz automotive radar systems, the LO frequency is chosen at 68 GHz, so the image band is located in 55-60 GHz, which can highly attenuate the electromagnetic energy by atmospheric oxygen [16] . This suggests that the IF would range from 8 to 13 GHz for these radar systems. For an RF signal in 71-76-GHz band, the IF band is between 3 and 8 GHz. For an RF signal in 81-86 GHz, the IF band is between 13 and 18 GHz. The fixed LO architecture allows beamformers that could be implemented at different IF bands to cover different RF bands simultaneously.
In TX mode, the RF output power per element is determined from
where P IF is the input IF power to an idealized IF beamformer with 0-dB gain, N is the number of phased array elements, G MIX is the mixer conversion gain, and G PA is the PA gain. Splitting the power into N paths effectively reduces the power that reaches the mixer by a factor of N. To compensate, more gain is required at the mixer or the PA in order to drive the PA to the saturated output power. As we discuss later, high PA gain comes at a cost of potential instability for a bidirectional frontend. Therefore, we investigate increasing the gain in the mixer. In RX mode, the IF output power with 0-dB beamformer gain is determined from
where P RX is the received signal power per element and G LNA is the LNA gain. The combined P IF is increased by a factor of N. In this case, the linearity of the mixer is more important to receive performance than gain. The input-referred thirdorder intercept point (IIP 3 ) of the RX is determined from
where IIP 3,LNA and IIP 3,MIX are the individual IIP 3 contributions of the LNA and mixer, respectively. This suggests that the IIP 3,MIX should be higher than IIP 3,LNA by a factor of G LNA . As a result, the gain of the mixer should be sacrificed for high linearity. Fig. 2 shows the block diagram of the 71-76/81-86-GHz (E-band) bidirectional frontend transceiver. The input stage of the receiver is an LNA to amplify the signal received from the antenna while minimizing the noise contribution of the later stages. The output stage of the transmitter is a PA to produce high output power. The LNA and PA both share a common interface to the antenna port and mixer port. A bidirectional mixer driven by a fixed LO amplifier is followed by transmitter and receiver IF amplifiers.
There are two novel features in this paper. First, we demonstrate the implementation of a low-loss transmission-line-based power-splitting network that allows the LNA input and PA output to be combined into a single port over a wide bandwidth. By exploiting impedance variations at the LNA input and the PA output, the transmission line lengths are chosen to isolate one or the other for half-duplex operation. Therefore, the PA/LNA combiner is proposed in this paper to minimize the loading effect, while the PA/LNA is optimized with 50-loads to a single antenna and the bidirectional mixer. Second, the implementation of the bidirectional mixer is asymmetric (i.e., it is operated as a passive or active mixer) to give different conversion gain and linearity in TX and RX modes. The transmitter and receiver IF amplifiers compensate for the conversion loss of the mixer and are also combined at the input and output. The input/output impedances of the turned-OFF amplifiers are high enough at IF frequency, and therefore, switches or the proposed combiner are not required to isolate the loading between each other.
III. CIRCUIT IMPLEMENTATIONS

A. 90-nm SiGe BiCMOS Process
The 71-86-GHz bidirectional frontend transceiver is implemented in a 90-nm SiGe BiCMOS process with nine copper metal layers and one aluminum metal backend layer. A 4-μm intrinsic HBT transistor operates at a peak f T / f max of 310/340 GHz at the bias current of 1.5-2.5 mA/μm as plotted in Fig. 3 . The extrinsic model for the transistor incorporates the interconnection of the HBT transistor from M1 to the top copper layer (OL) where the grounded coplanar waveguide (GCPW) lines are fabricated. Considering the extrinsic interconnect parasitics, the peak f T / f max drops to 280/320 GHz. The 50-GCPW lines are shown in Fig. 4 (a) and used in the PA/LNA combiners and the matching networks of the PA, LNA, and the LO driver. The top and bottom ground planes on OL and M1_2B prevent coupling to other nodes in the circuit as well as the substrate. Electromagnetic simulation using EMX [17] shows that the 50-GCPW lines have 0.57-0.67-dB loss per millimeter length between 70 and 90 GHz. Quarter-wavelength transmission lines demonstrate a quality factor (Q) of 19-24, as plotted in Fig. 4(b) . In addition, metal-insulator-metal (MIM) capacitors (2.72 fF/μm 2 ) and vertical natural (VN) capacitors (0.94 fF/μm 2 ) are fabricated in the back end of line of the process. The MIM capacitors are mainly used as decoupling capacitors at the supply lines due to the higher density and the lower Q, which helps the stability. In the signal paths, VN capacitors are chosen due to the higher Q and lower loss, as plotted in Fig. 4(b) .
B. LNA Design
The schematic of the three-stage LNA is shown in Fig. 5 . The HBT of each stage is biased by an HBT current mirror through a base biasing resistor (R B ). The singlepole single-throw (SPST) switch allows the reference current to flow into the current mirror to bias the LNA's HBT in RX mode, while it cuts off the reference current in TX mode. The first stage is designed for minimum noise with an emitter length of 10 μm and is biased close to peak f T with 15 mA. A 40-μm emitter degeneration transmission line is used to simultaneously achieve noise and gain matching such that
where r b is the HBT base resistance, g m is the transconductance, C be is the base-emitter capacitance, L e is the emitter degeneration inductance, and Z S,OPT is the optimum source impedance (Z S ) for minimum noise. The 50-source impedance is transformed into a 25-Z S,OPT by the input matching network, which is composed of a series 100-fF capacitor and a shunt 145-μm transmission line, to minimize the noise contribution of the first stage as shown in Fig. 6(a) . The first stage of the LNA contributes a minimum 3.8-dB NF and 7.6-dB available power gain. The second and third stages of the LNA are designed for high gain, and thus the common emitter structure is adopted without emitter degeneration. The emitter length of both stages is 4 μm and each is biased at 5 mA. The input, output, and interstage matching networks are implemented in GCPW lines and VN capacitors. As Fig. 6(b) shows, the input and output of the LNA are matched to 50 . The interstage networks between each stage are designed for complex conjugate matching, i.e., Z 1 ≈ Z * 2 and Z 3 ≈ Z * 4 . The overall three-stage LNA achieves a 26.3-dB gain and 5.5-dB NF, which is close to the minimum NF of 5.4 dB at 78 GHz. The 3-dB bandwidth is from 72 to 86 GHz. The input return loss is better than 10 dB over the 71-86 GHz as the simulation in Fig. 7 . The LNA consumes 25-mA dc current from a 1.8-V supply from the simulation.
C. PA Design
The schematic of the PA is shown in Fig. 8 and has a three-stage driver to saturate the final PA. The HBT of each stage is biased by a current mirror through an R B as the LNA biasing circuit. The SPST switch closes in TX mode to bias the HBT in each PA stage and opens in RX mode to pull down the bias. Due to the high-power/high-voltage operation in later stages, the ability to sweep carriers out of the base terminal with a relatively low R B is required to avoid the avalanche breakdown in the collector-base junction [18] , [19] . The final HBT has an emitter length of 40 μm, which is biased in class-A with a quiescent current of 55 mA. From the simulated load-pull contour in Fig. 9(a) , the final PA provides a 15.5-dBm saturated output power (P SAT ) with a 15-load impedance (Z L ). As a result, the PA output matching network is designed to transfer Z L from 50 to a 15-Z L . The transistors of the three driver stages are 4, 8, and 16 μm and are biased at 5, 12, and 24 mA, respectively, Simulated S-parameters, P SAT , and PAE of the PA over 70-90 GHz. for high gain and saturated power at the input of the final PA. The input of the first driver is matched to 50 and all the interstages are designed for complex conjugate matching, i.e., Z 1 ≈ Z * 2 , Z 3 ≈ Z * 4 , and Z 5 ≈ Z * 6 , as shown in Fig.  9(b) . The small-signal gain of each stage is 11, 9.5, 8, and 5.5 dB, respectively, at 78 GHz and the overall four-stage PA achieves a 32.2-dB small-signal gain, a 15.2-dBm P SAT , and 12.2% maximum power-added efficiency (PAE), as plotted in Fig. 10 . The PA consumes a 96-mA quiescent current from a 1.8-V supply from simulation. According to Fig. 10 , the 3-dB P SAT bandwidth covers the entire RF band from 70 to 86 GHz.
D. Wideband PA/LNA Combining
The PA and LNA were designed for 50-load and source impedances to optimize the PA P SAT and the LNA NF to cover the 71-86-GHz band. To share a common antenna, a novel PA/LNA combining technique is proposed and illustrated in Fig. 11 . The PA/LNA combiner network interfaces the PA output and LNA input to the antenna port, while another combines the PA input and LNA output at the mixer port. Each combiner is composed of two transmission lines with characteristic impedance Z o equal to that of the port, e.g., 50 . Selection of the length of these four transmission lines optimizes the PA and LNA operations in the presence of the additional transmission line loss.
In TX mode, the PA is active and the LNA is inactive. Both the input and output of the PA are matched to 50 for wideband operation (20% fractional bandwidth). The additional transmission lines at the PA input and output extend the 50-reference plane without significantly affecting the matching conditions. As plotted in Fig. 12(a) , the impedance transformation from Z T ,O1 to Z T ,O2 and Z T ,I 1 to Z T ,I 2 rotates the matching impedance at the input and output of the PA around 50 . Referring to and Z R,O1 = (4.2 + j · 6) ). These low impedances cause extra loading effects at the PA input and output and degrade the P SAT and gain. With the additional transmission lines with length of l R,I = 145 μm at the LNA input and l R,O = 465 μm at the LNA output, the impedances are transformed according to
where Z 2 can be substituted by Z R,O2 or Z R,I 2 , Z 1 can be substituted by Z R,O1 or Z R,I 1 , l can be substituted by l R,I or l R,O , and γ is the propagation constant of the transmission lines. Therefore, the LNA input and output impedances are transferred from low impedances to high impedances (Z R,I 2 = (270 − j · 31) and Z R,O2 = (442 − j · 87) ). Since Z R,I 2 and Z R,O2 are much greater than 50 , the loading issue from the LNA is alleviated significantly. From Z R,I 2 , simulations estimate a 0.77-dB output power degradation. Furthermore, the Z R,O2 contributes an additional 0.48-dB loss from the PA input so the overall gain drops 1.25 dB. The simulation results closely match our calculation in Fig. 13(a) . The combined PA/LNA achieves a 31-dB small-signal gain, a 14.5-dBm P SAT , and 12% PAE in TX mode at 78 GHz. The 3-dB P SAT bandwidth also covers the entire RF band from 70 to 86 GHz. Compared with Fig. 10 , a 0.7-dB output power and a 1.2-dB gain drop are found where the insertion loss of the transmission lines is included. In RX mode, the additional transmission lines at the active LNA input and output also extend the 50-reference plane. The input and output impedances are transferred from Z R,I 1 to Z R,I 2 and Z R,O1 to Z R,O2 , as shown in Fig. 12(b) , and are still matched to 50 . Now, the PA is inactive and the lengths of the input and output transmission lines are obtained as 245 μm and 575 μm, respectively. Based on (5), the and Z T ,O2 = (298 − j · 48) . Due to Z T ,I 2 , a 0.37-dB loss is introduced at the LNA output. From Z T ,O2 , the LNA input has a 0.69-dB loss, which also introduces a NF degradation, and results in a lower overall 1.06-dB gain. The simulation in Fig. 13(b) demonstrates that the combined PA/LNA achieves a 25.2-dB gain and a 6.26-dB NF at 78 GHz in RX mode. Compared with Fig. 7 , a 1.1-dB gain and 0.76-dB NF degradations are found from the insertion loss of the transmission lines and the loading effect of the PA.
It is notable that the PA and LNA form feedback paths to each other and may cause instability. In RX mode, the feedback path is isolated by disabling the PA bias. In TX mode; however, the feedback path formed by the LNA may not be well isolated. Even if the LNA is inactive, the active PA drives a high output power/voltage and is likely to drive the V be of the input LNA HBT greater than V T . As a result, a shunt switch is designed at the collector node of the third stage of the LNA HBT to improve the PA/LNA reverse isolation (S12) in TX mode. The OFF resistance and capacitance (R OFF and C OFF ) of this shunt switch cause an ∼0.2-dB loss in RX mode in 70-90 GHz and insignificantly impacts NF. Fig. 14(a) plots the S12 of the combined PA/LNA in TX mode. S12 is greatly improved by the shunt switch due to the reduced feedback by the LNA. The stability factors prove the stability improvement as plotted in Fig. 14(b) . Without the switch, the K -factor is close to unity in 95 GHz, so that the PA is likely to become conditionally stable. With the shunt switch, the unconditionally stable is ensured since K > 1 and B1 > 0 over frequency.
In RX mode, the LNA is turned ON by biasing up the HBT base through the SPST shown in Fig. 5 . Alternatively, the PA HBT is biased by enabling the reference current through the SPST shown in Fig. 8 . Therefore, the TX/RX mode transition time is determined by the step response of the HBT base biasing circuitry. For instance, the settling time of enabling TX mode is dominated by the largest R B and input series capacitance at the first stage of PA. It can be found that charging the 250-fF capacitor through the 1-k R B1 takes ∼1.2 ns to reach 99% base bias voltage from 0 V. Similarly, the settling time of enabling RX mode is dominated by the second stage of LNA. Therefore, the TX and RX can reach a stable gain level within 1.3 ns as the simulated waveform in Fig. 15 , where the PA and LNA input powers are −10 dBm and −30, respectively.
E. Mixer, IF, and LO Amplifiers
In TX mode, an active mixer is preferred over a passive mixer to provide higher conversion gain to drive the PA. Additionally, the power division in the phased array transmitter splits between each of the PAs requiring additional gain. In RX mode, a passive mixer is desirable for higher linearity before combining the signal at the IF band. Therefore, a bidirectional mixer is proposed in this paper based on a single FET quad that can be operated as a passive mixer (i.e., zero dc current) in RX mode or as an active mixer (i.e., nonzero dc current) in TX mode.
The double-balanced mixing stage consists of four nFETs arranged in a switching quad as shown in Fig. 16(a) and is shared between the TX and RX paths. The advantage of the highly scaled BiCMOS process is that 90-nm nFET switches have symmetric drain/source structure that can be operated in either mode. Furthermore, the loss of these devices as switches is improved at mm-wave bands. Each nFET switch is sized at 40 μm/100 nm for an R ON ≈ 12 for the tradeoff between conversion loss and switching speed. The double-balanced structure has the advantage of lower LO-to-RF leakage and even-order harmonic distortion compared with a single-balanced mixer. At the RF port, an on-chip transformer-type balun converts from the differential mixer into the single-ended PA/LNA and provides a wideband match to 50 . The single-ended coil is realized using the 4-μm-thickness top aluminum metal (LD) with 7-μm width. The differential coil is implemented using the 3-μm-thickness OL and has a width of 7 μm and vertical spacing of 1.25 μm to LD. At the LO port, another transformer balun is used to match the differential mixer switches to a single-ended LO driving amplifier. The LO balun has a similar design to the RF balun in terms of metal implementation and widths. EMX simulations indicate that the RF/LO baluns have insertion losses of 0.75 and 0.66 dB, respectively, and gain imbalances of 0.62 and 0.3 dB and phase imbalances of 5.2 • and 3.7 • at 78 and 68 GHz, respectively.
In TX mode, the HBTs of the transmitter IF amplifier are biased in the active region to operate as current sources, while the receiver IF amplifier is disabled through biasing as shown in Fig. 16(b) . Sharing dc current with the mixer switches and the RF balun realizes an active Gilbert-type mixer with high conversion gain. The emitter length of the transmitter IF amplifier transistors are 4 μm and biased at 5.8 mA from a 1.7-V supply. The nFET mixer switches are biased with 10-k resistors at 1.1 V, where V GS is near the threshold voltage of 450 mV. In RX mode, the transmitter IF amplifier is inactive and no dc current flows through the switching quad. The passive mixer is followed by a two-stage receiver IF amplifier as shown in Fig. 16(c) . The voltage at the source and drain of the mixer switches are biased to 550 mV, while V GS is biased 100 mV higher than the threshold voltage for lower conversion loss.
For quadrature amplitude modulation schemes, a highlinearity receiver mixer is desirable due to the sensitivity and dynamic range limits. For instance, based on the designed LNA with a 26-dB gain, a −48-dBm minimum output power from the LNA to the mixer (P IN,MIN ) is derived from MDS = −174(dBm/Hz) + 10 log 10 BW + NF giving a 2-GHz BW and a 7-dB NF. For a 40-dB dynamic range, the maximum output power from the LNA to the mixer (P IN,MAX ) would be −8 dBm. Therefore, the required mixer IIP 3 of 12 dBm can be found from [15] 
The high-linearity mixer is designed using the first-stage receiver IF amplifier with shunt-feedback resistors R FB to load the passive mixer with a low input impedance to allow Fig. 17 shows, lower input impedance from the IF amplifier gives the mixer better linearity while sacrificing the conversion gain. With the unity feedback at the first-stage IF amplifier (R FB = 0) and the common-emitter second-stage IF amplifiers, the receiver mixer achieves a 11.4-dBm IIP3; however, it contributes a 17-dB conversion loss. In this design, two stages of the receiver IF amplifier are both common-emitter structure with resistive load to compensate for the loss. Each stage of the receiver IF amplifier is a pair of 4-μm emitter length HBTs with 250-load resistors and a 5.6-mA biasing current from a 1.7-V supply. The interconnections between the transmitter and receiver IF amplifiers do not require switches or any combining technique such as the PA/LNA combiner because an inactive HBT provides high enough impedance at the base and collector at the IF frequency, i.e., >500 .
Spectre simulations indicate that the conversion gain of the bidirectional mixer saturates with an 8-dBm LO power at 68 GHz. In general, the 68-GHz LO is generated from a lower frequency phase-locked loop and then multiplied to share the LO sources of the RF mixer and the modulator/demodulator, i.e., sliding IF architecture [2] , [9] . Therefore, a two-stage common-emitter LO driving amplifier is designed to provide a high power from the weak harmonic of the low-frequency source. As the schematic is illustrated in Fig. 16(a) , the first HBT has an emitter length of 8 μm and is biased at 12 mA from a 1.8-V supply for the higher f T and gain. The second stage of LO driver is designed for high power to drive the mixer switches. The emitter length of second HBT is 16 μm and biased at 24 mA. The input, output, and interstage matching networks are implemented in GCPW lines and VN capacitors. From the simulation, the input return loss is better than 15 dB at 68 GHz. The LO amplifier achieves a 19.5-dB gain at low power and a 10.9-dBm saturated output power. Therefore, an input LO power level of −10 dBm is sufficient to provide an 8-dBm output power to saturate the mixer. Fig. 18 shows the postlayout simulations of the bidirectional mixer and the IF amplifiers including the LO driving amplifier with a −7-dBm input power. The RF, LO, and IF frequencies are 78, 68, and 10 GHz, respectively. In Fig. 18(a) , the overall mixer and IF amplifier achieves an 11.3-dB conversion gain at low power level and a −19-dBm input-referred 1-dB compression point (IP 1 dB ) in RX mode. In TX mode, the overall mixer and IF amplifier achieves a 3.4-dB conversion gain at low power and a −1.6-dBm output-referred 1-dB compression point (OP 1 dB ), as plotted in Fig. 18(b) , which is high enough to saturate the PA as indicated in Fig. 13(a) . One of the challenges of the IFshifting phased array architecture is the bandwidth of the mixer and IF amplifiers. Fig. 19 shows the simulated bidirectional mixer conversion gain versus RF frequency. The active Gilbert mixer exhibits a flat frequency response in TX mode since the RF balun loads the IF amplifier through the mixer switches. In RX mode, the load of IF amplifiers is resistive and behaves a low-pass response due to the capacitive loading. The frequency response can be improved by using a high-pass inductive load at the IF amplifiers at the expense of chip area.
IV. EXPERIMENTAL RESULTS
The 71-86-GHz bidirectional front-end transceiver is implemented in a 90-nm SiGe BiCMOS process and the die occupies 1.5 mm×0.9 mm including the pad area as the microphotograph shown in Fig. 20 . The S-parameters are tested using 1-mm coaxial probes with the Agilent E8361A twoport network analyzer to 67 GHz and continuously extended to 110 GHz with the N5260-60003 module. For power, 
A. TX Mode
The measured S-parameters for RF output and LO input matching in TX mode are shown in Fig. 21 and compared with simulations. The measured RF return loss is better than 10 dB from 71 to 86 GHz and the LO return loss is 19 dB at 68 GHz. All passive elements and parasitics are modeled by EMX in this design and show excellent agreement between the simulation and the measurement.
For the power measurement, the RF output power is sensed by an Agilent W8486A power sensor and read by an Agilent E4419B power meter. The LO signal is generated from Agilent E8257D and is multiplied using a Pacific Millimeter E3 tripler to 68 GHz. The IF signal is provided by another Agilent E8257D signal generator and is converted to differential by a hybrid coupler. Fig. 22 shows the measured conversion gain, RF P SAT , and the LO leakage versus LO power at the LO and IF input frequencies of 68 and 10 GHz. The transmitter achieves a 24.8-dB conversion gain, an 11-dBm P SAT , and a −11-dBm LO leakage power at the RF port with −7-dBm available LO power on-chip. LO leakage is mainly from the gain/phase imbalances of RF/LO balun in the double-balanced mixer and is a serious concern since the wideband transceiver has an LO, which can be amplified by the PA at 68 GHz. The −7-dBm on-chip LO power is chosen for subsequent testing since the transmitter is saturated while the LO leakage is above −22 dBc. To cover backhaul applications in E-band (71-76/81-86 GHz) long-range cruise control automotive radars in 76-77 GHz and shortrange side-crash prevention radars in 77-81 GHz, which apply frequency and phase modulations, the saturated transmitted power is measured by sweeping the IF input frequency from 2 to 18 GHz, as plotted in Fig. 23 . The maximum P SAT is 11 dBm at a 78-GHz RF frequency and the 3-dB bandwidth is from 70 to 86 GHz. The measured PA and the active mixer are biased at 102 and 13 mA, respectively, from a 2.5-V supply and the LO amplifier flows a 37-mA dc current from a 1.7-V supply.
The measured gain and frequency response have shifted relative to simulations based on the process design kit (PDK). All the passive elements, e.g., transmission lines and capacitors, are simulated in EMX. The measurement of the transmission lines indicates a 1-dB/mm more loss than simulation [20] . The EM simulated capacitors shows roughly five times higher the Q than the PDK model provided by foundry [21] . Furthermore, the transistor models need to be characterized in mm-wave bands. Up to a 2-dB lower measured maximum available power gain has been found in the test cells. Fig. 24 shows the measured S-parameters for RF and LO matching in RX mode in comparison with the simulation. The measured RF return loss is better than 10 dB from 72 to 89 GHz and the LO return loss is 18 dB at 68 GHz. For the receiver conversion gain measurement, the 68-GHz LO is generated as the same way as the transmitter. The RF signal is provided from another Agilent E8257D signal generator and is multiplied by a Pacific Millimeter W3 tripler to the interested frequency band. The RF input power is monitored through a −10-dB directional coupler at the through port and is sent to the chip at the coupled port. The 68-GHz LO is generated in the same way as the transmitter measurement and the output IF signal is tested from an Agilent E4448A spectrum analyzer through the hybrid coupler for converting from differential into single-ended. Fig. 25 shows the measured conversion gain versus LO power at the RF and LO input frequencies of 78 and 68 GHz. With a −7-dBm available on-chip LO power as the transmitter and a −35-dBm on-chip RF input power, the receiver conversion gain is 26.4 dB. The conversion gain discrepancy is due to the over optimistic passive element loss and active device model. To cover the entire E-band from 71 to 86 GHz, the receiver conversion gain and NF are measured by sweeping the RF input frequency as plotted in Fig. 26 , where the RF input power is around −35-dBm over frequency. The maximum conversion gain shifts down to 73 GHz of 30.6 dB due to the low-pass response of the IF amplifier. The receiver NF is measured using the gain method [15] and can be expressed as NF = 174(dBm/Hz) − Conv. Gain − 10 log 10 RBW+ P N,OUT (7) where RBW is the resolution bandwidth of the spectrum analyzer and P N,OUT is the measured noise power at the receiver output. The measured NF is 7.6 dB at 78 GHz and better than 9 dB over 72-81 GHz. The gain compres- sion and the third-order intermodulation are recorded in Fig.  27 . The measured OP 1 dB at the 78-GHz RF frequency is −3.5 dBm and IIP 3 is −21.5 dBm. The measured LNA is biased at 27 mA from a 2-V supply. The LO amplifier flows a 37-mA current from a 1.7-V supply and the IF amplifier consumes a 13-mA current from a 1.6-V supply. The performance is summarized and compared with prior mmwave transceiver works in Table I . The proposed work achieves a high power in TX mode and excellent NF and linearity in RX mode. In addition, this work is the first bidirectional transceiver demonstrated in E-band to the authors' knowledge.
B. RX Mode
V. CONCLUSION
A switchless bidirectional front-end transceiver has been demonstrated for operation between 71 to 86 GHz in a 90-nm SiGe BiCMOS process. Novel power combining networks between the PA and LNA offer low loss for better sensitivity and power handling without integrated mm-wave switches. To optimize the performance of the bidirectional operation for TX and RX modes, asymmetric operation of the mixer is demonstrated whereby an nMOS mixer can be operated as a passive or active mixer. In TX mode, a saturated power of 11 dBm at 78 GHz and a 3-dB bandwidth from 70 to 86 GHz are measured from this chip. In RX mode, the measured NF is 7.6 dB and the overall conversion gain is 26.4 dB at 78 GHz.
